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Abstract 
This paper presents the opportunities and challenges for 
scaling A/D converters into ultra-deep-submicron CMOS 
technologies. With faster transistors and better matching, 
the trend is to migrate into higher sample rates with lower 
resolutions. Limited dynamic range at low supply voltages 
remains the utmost challenge for high-resolution Nyquist 
converters, and oversampling will become the dominant 
technique in this arena in the future. Linearity correction 
with digital calibration is also becoming prevalent as the 
efficiency of calibration circuitry improves. 

Introduction 
Explosive growth in wireless and wireline communications 
is the dominant driver for higher specifications of analog-
to-digital converters (ADCs). New applications in wireless 
communications support multi-mode operation, utilize 
large portions of bandwidth, such as in the case of ultra-
wideband and 60-GHz-band systems, or attempt to re-use 
the already licensed spectrum, thus requiring a high 
dynamic range for operation. Similarly, future wireline 
communication systems commonly extend the signal 
constellations to increase the data throughput, such as in 
the case of 10-Gb/s Ethernet or next-generation cable 
modems.  These applications are driving the demand for 
high-resolution, high-speed, low power, and low cost 
integrated ADCs. 

Technology scaling significantly lowers the cost of digital 
logic and memory, and there is a great incentive to 
implement high-volume baseband signal processing in the 
most advanced process technology available. Concurrently, 
there is an increased interest in using transistors with 
minimum channel length and minimum oxide thickness to 
implement analog functions, because the improved device 
transition frequency, fT, allows for faster operation.  
However, scaling adversely affects most other parameters 
relevant to analog designs. To achieve a high linearity, 
high sampling speed, high dynamic range, with low supply 
voltages and low power dissipation in ultra-deep-
submicron CMOS technology is a major challenge. In this 
paper we explore the challenges for ADC design 
associated with technology scaling. We will examine some 
circuit, architectural and system design techniques that will 
allow analog-to-digital converters to utilize transistors 
available in sub-100-nm technologies. 

Technology Divergence with Scaling 
Technology scaling doubles the density of digital logic 
every 2-3 years.  Digital circuits have additionally 
benefited from scaling through increased operating 
frequencies and lower power consumption.  Scaling to 90-
nm CMOS technology and beyond is characterized by 
limited power.  To minimize the dissipation, by balancing 
the switching and leakage power, digital systems choose 
the appropriate supply voltages and transistor types.  
Current foundry offerings are characterized by several 
thin-oxide devices, with different implant-controlled 
thresholds, and supply voltages that are scaled below the 
reliability-dictated levels.  Furthermore, the same process 
usually offers thick-oxide I/O devices. 
Analog functions can be implemented using either thin- or 
thick-oxide devices – the thick-oxide devices enjoy the 
benefit of a larger dynamic range (DR) and the thin-oxide 
devices harvest a higher operation frequency. This trend 
will continue in the future as predicted by ITRS (Fig. 1) 
[87].  Recent requirements to control the digital circuit 
leakage have slowed down the transistor threshold scaling, 
with a consequent reduction in supply voltage scaling.  As 
a result, fast analog circuits can use 1V or higher supplies 
in the next few technology nodes. With continued scaling 
and the reduction of supply voltages in sub-1V range, the 
I/O devices will follow to sub-1.8V levels, and analog 
functions that require a high dynamic range would have to 
use additional process features or would have to be 
implemented on a separate chip. 
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Fig. 1.  Scaling of supply and threshold voltages. 
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Opportunities and Challenges in Scaling Analog 
Designs 

As technology advances, there is an increased incentive for 
high-speed analog designs to exploit higher fT of scaled 
transistors. A number of challenges presented by 
technology scaling however must be addressed. 
Reduced Signal-to-Noise Ratio (SNR). The most prominent 
challenge for implementing precision analog circuitry in 
deeply scaled, “digital” processes is the reduction of 
supply voltages. It lowers the available voltage swings in 
analog circuits, fundamentally limiting the achievable SNR. 
To maintain the same dynamic range with a lower supply 
voltage in a noise-limited design, the circuit noise must 
also be proportionally reduced. For example, lowering the 
noise floor in switched-capacitor circuits requires an 
increase in the capacitor sizes to lower the kT/C noise, 
hence results in a penalty in power consumption. 
Lower intrinsic gain. The intrinsic voltage gain (gmro) of 
an MOS device is one important gauge of device 
performance for precision analog designs. As scaling 
continues, the intrinsic gain keeps decreasing due to a 
lower output resistance as a result of drain-induced barrier 
lowering (DIBL) and hot carrier impact ionization. In 
addition, gate leakage currents in very thin-oxide devices 
will set an upper bound on the attainable effective output 
resistance via circuit techniques (such as active cascode). 
Device leakage. A fundamental advantage of MOS 
technology is the high quality switch naturally available. 
As scaling continues, the elevated drain-to-source leakage 
in an off-switch can adversely affect the switch 
performance. If the switch is driven by an amplifier, the 
leakage may lower the output resistance of the amplifier, 
hence limits its low-frequency gain. Charge storage on 
capacitive devices will become difficult with leaky 
transistors attached. In addition, the gate leakage current 
also violates the high-impedance “summing-node” 
assumption that underlines the operation of switched-
capacitor circuits, especially at lower speeds. In a sense, 
the gate leakage current resembles the base current in a 
bipolar junction transistor. 
Matching. Transistor matching properties are improved 
with a thinner oxide [95] [96]. However, devices with 
small geometries also experience larger mismatch due to 
higher order terms with either short W or L [97]. When the 
oxide thickness is reduced to a few atomic layers, quantum 
effects will dominate and matching will degrade. 
Passives. Deeply-scaled CMOS processes target digital 
applications and frequently lack for high quality passives –
inductors and capacitors.  Sampled-data systems rely on 
linear, low-parasitic, high-density capacitors. Either 
double-poly or metal-insulator-metal (MIM) capacitor 
requires extra mask layers, hence adds cost. An alternative 
is the vertical, fringing metal capacitor [101]. These 
capacitors may benefit from reduced metal pitch and 
increased number of metal layers with technology scaling. 
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Fig. 2.  ADC sample rate vs. ENOB from 1987 to 2005. 

Scaling of ADC Architectures 
The impact of technology scaling on the performance of 
various ADC architectures can be dichotomized according 
to the SNR specifications. While offering steadfast 
improvement of fT, the accompanying reduction of supply 
voltages and the increased channel noise tend to shrink the 
dynamic range achievable by mixed-signal circuits in 
deeply scaled CMOS. For high-resolution converters, this 
inevitably leads to an increase of power consumption to 
maintain SNR. However, the accuracy of lower-resolution 
ADCs is limited by component mismatch, which results in 
a power and area scaling trend similar to that of the digital 
circuits for fixed conversion speeds (Table 1). The point of 
watershed at the current technology nodes seems to be 
between 8 and 10 bits. 
As scaling continues, there is a noticeable trend of a 
constant migration of the boundaries amongst the 
conventional A/D architectures (Fig. 2). While 
oversampled converters are encroaching into the regime 
used to be dominated by piepline ADCs [73], the later ones 
are reporting resolutions as low as 5-8 bits, which were 
only considered suitable for flash-type architectures [37]. 

A. Flash Converter 
Flash converters are suitable for low-resolution (4-6 bits) 
applications that require high conversion rates (up to tens 
of gigahertz) and low latency. Although not a power-
efficient architecture, the low latency feature makes it 
attractive in high-speed communication applications. Flash 
converters fall into the category of matching-limited 
scaling scenario.  
 
Table 1.  Scaling of Mixed-Signal Circuits 

Scaling 
Parameter 

SNR- 
Limited 

Matching- 
Limited 

Digital 
Circuits 

Dynamic Range kTC  WL  Word length 

Supply Voltage S1  S1  S1  

Speed 1 1 S  

Area 2S  21 S  21 S  

Power S  21 S  21 S  
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Fig. 3.  ADC scaling dichotomy, (a) SNR limited (  12 bits) and (b) 
matching limited (  10 bits). Data is taken from Fig. 2. 
The major source of error in flash-type converters are the 
static and dynamic offsets sensed by the comparators, 
including offset errors originating from the comparators, 
the preamps, the reference ladders, and the relative timing 
skew of the strobe signals. Out of these, the dominant 
static offset often derives from the random threshold 
mismatch in the input devices of the preamps, which are 
used to suppress the large dynamic errors of small 
comparators and to mitigate kickback noise. As thin oxide 
improves the matching property of transistors [92] [96], 
smaller devices can be used in newer technology 
generations to achieve the same matching accuracy; this 
fact has been exploited by many recent works of flash-type 
converters to improve the figure-of-merit (FOM) or energy 
efficiency of the conversion 

  
,

2 f
PFOM ENOB

 (1) 

Where, f is the sample rate for a Nyquist ADC and twice 
the effective-resolution bandwidth in oversampled ones. 
This observation has been confirmed by Fig. 3b – the plot 
of FOM vs. supply voltage on a log-log scale shows a 
trend line with a slope of 2, which is predicted by column 
three of Table 1. 

Because of the speed concerns, simple gain stages, such as 
the resistively-loaded differential pairs, are often used as 
the preamps in flash-type converters (Fig. 4). 
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Fig. 4.  Preamp with averaging network. 

The simplicity of this circuit renders itself amenable to 
technology scaling and low supply-voltage operation. To 
further reduce the ADC power and input capacitance, 
resistive, capacitive [25] [20] [10], or current interpolation 
[17] can be performed to cut down the total number of 
preamps required (Fig. 5). The interpolation technique also 
leads to fewer points tapped off the reference ladder, 
resulting in a compact layout with less parasitics. Not only 
does a small layout improve the area and power efficiency, 
more importantly, it helps to keep the clock signal routing 
contained, which leads to a better dynamic performance of 
the converter. 

Averaging (Fig. 4) is another common technique to 
improve the matching performance in preamps [9] [15] [4] 
[10]. Since the averaging effect improves in general with 
more amplifiers participating, a wider linear input range of 
the preamps and closely spaced reference voltages are 
beneficial. This is also in line with interpolation, where the 
active region overlap between adjacent differential pairs 
mitigates the interpolation error due to nonlinearity. 
Velocity saturation and lower supply voltages are driving 
flash converter designs converging toward this direction. 
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Fig. 5.  Interpolation: (a) resistive/capacitive and (b) current. 
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Fig. 6.  Cascaded offset parallel folding. 

B. Folding Converters 
Interpolation reduces the number of preamps, but keeps the 
number of comparators the same. Signal folding has been 
developed to further improve the power efficiency of flash 
converters [16]-[19]. Compared to the flash architecture, 
the use of signal folding reduces the number of 
comparators by the folding factor F. 1  The combined 
hardware efficiency of folding, interpolation, and 
averaging has lead to CMOS realizations of flash 
converters with 1.6-GS/s sampling rate [11] or with 
resolutions of as high as 10-13 bits [13]-[15] at a 
reasonable power consumption. 
The drawback of signal folding is that, if a large folding 
factor is developed in a single stage of folders, the 
bandwidth is greatly reduced due to large capacitive loads 
at the common output of many folding amplifiers; the 
maximum frequency seen at the folder output is given by 

 ,
/2sin 1max F

ff in  (2) 

which can be many times higher than the maximum input 
frequency [16]. Furthermore, signal “rounding” problem at 
the folder output prevents further amplitude quantization, 
which has lead to the architecture of offset parallel folding 
with zero-crossing detection. This, however, leads to a 
large number of preamps used in the folders unless a 
significant amount of interpolation is also performed. 
Matching concern elevates for folders as, in addition to all 
other matching requirements, the current sources from 
different folding amplifiers also need to cancel each other 
precisely. 
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Fig. 7.  1.5-b/s pipeline ADC block diagram. 
                                                 
1 Note that F coarse comparators are also required to resolve which fold 
the input signal resides in. 

The above observation has lead to the design strategy to 
develop large folding factors successively by cascading 
folders with small folding factors [14] [15]. Pre-
amplification is also increasingly necessitated by the 
folders to avoid active region overlap in adjacent folding 
amplifiers as the supply voltage is reduced, which also 
provides opportunities for averaging, interpolation, and 
pipelining. 

C. Subranging Converter 
The subranging architecture extends the resolution of flash 
ADCs by arranging the conversion in a coarse-fine two-
step fashion. A sample-and-hold amplifier (SHA) and a 
switch matrix are usually required. In this architecture, 
latency is traded for low complexity and area/power 
efficiency. The achievable resolution in CMOS technology 
with this architecture is usually around 8-10 bits. If 
over/under-range protection is used, the offset 
requirements for the coarse converter can be greatly 
relaxed; but the fine one shares similar matching concerns 
as the flash architecture. Averaging and interpolation can 
be applied as well to reduce the number of preamps and 
their sizes. A balanced design can often achieve an FOM 
close to that of the pipeline converters [20] [22] [23]. 

D. Multi-Stage and Pipeline Converter 
Taking the subranging concept to the extreme, a multi-
stage ADC resolves the analog input in a cascade of low-
resolution stages by passing the conversion residue to the 
trailing stages. Residue gain is usually provisioned to 
suppress the noise and nonlinearity contribution of lower 
ranked stages. The pipeline ADC is a typical multi-stage 
converter, which inserts SHAs in the residue amplifier to 
facilitate concurrent operation of all stages to improve 
throughput at the cost of increased latency. Similar to a 
subranging converter, over/under-range protection is 
necessary in a pipeline ADC and is often termed “digital 
error-correction” (DEC). A commonly used 1.5-bit/stage 
architecture is illustrated in Fig. 7. 

Since the comparator offset specs are substantially relaxed 
due to a low stage resolution and the DEC, comparator 
design in pipeline ADCs is far simpler than that of the 
flash ones, and usually does not impose limitation on the 
overall conversion speed or precision. It is how fast and 
how accurate the residue signals can be produced and 
sampled that determines the performance of a pipeline 
converter, especially for the first stage that demands the 
highest precision. Negative feedback is conventionally 
employed to stabilize the voltage gain and to broaden the 
amplifier bandwidth. It is expected that technology 
advancement will keep pushing the nondominant poles of 
these amplifiers to higher frequencies, hence offer the 
potential of a higher conversion speed. 
Nonetheless, the above statement is true only when a 
close-to-minimum channel length is used. At these 
dimensions, the accompanying short-channel effects pose 
serious challenges to realizing high open-loop gain, low 
noise, and low power consumption simultaneously at 
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significantly reduced supply voltages. The tradeoff 
between speed, dynamic range, and precision will 
eventually place a fundamental limit on the resolution of 
pipeline converters attainable in ultra-deep-submicron 
CMOS technologies (Fig. 3a). 
One such fundamental limit is the dynamic range. The 
sampling process inherent in switched-capacitor circuits 
introduces kT/C noise at each pipeline stage when a 
residue voltage is captured. The sampled noise usually 
comprises two major contributions – the channel noise of 
the switches and the amplifier noise. As the switch 
resistance is only weakly affected by technology scaling 
[97], it is expected that amplifier will become the 
dominant noise source in pipeline ADCs in deeply scaled 
technologies. Based on this observation, efforts were 
directed to search the optimum stage resolution n and 
scaling factor  to minimize the total conversion power [53] 
[55]. It has been recently pointed out that, for a uniform n 
and , the total ADC power is expressed as 

 ),,,(ng
V

VV
fkTSNRP

DD

Thgs
s

 (3) 

where fs is the sample rate, Vgs-VTh is the overdrive voltage 
of the amplifier input transistors, and [0,1] is the speed 
factor that models the parasitic loading effect depending 
on the conversion speed [36]. The evaluation of the 
function g(.) reveals that a choice of 2-3-bit/stage 
resolution yields the optimum architecture for high-speed 
pipeline converters. 
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Fig. 8.  Optimizing the stage resolution and scaling factor of a 
pipeline ADC at different sample rate. 

E. Oversampled Converter 
As mentioned before, technology scaling is commensurate 
with high sample rate but not high resolution. One 
technique to trade speed for dynamic range is 
oversampling – circuit and quantization noises are spread 
out and later suppressed by a digital decimation filter. 
Noise shaping is often facilitated to push quantization 
noise (and part of the circuit noise) further out of the 
interested signal band. The noise shaper often takes the 
form of a sigma-delta modulator. 
Although oversampling plus noise shaping enables the use 
of smaller capacitors, other design constraints of the 
modulator such as linearity share similar concerns as the 

Nyquist converters.2 Specifically, the signal swing at the 
amplifier output is increased due to the lag of the 
modulator feedback loop in response to a change in the 
input signal; a high oversampling ratio also stresses the 
amplifiers for settling speed. However, the decimation 
filter, being a digital circuit, greatly benefits from 
technology scaling. It is expected that oversampled ADCs 
will outperform pipeline converters for high-SNR 
applications in the near future. 

F. Interleaved Converter 
Interleaving was originally introduced to improve the 
power efficiency of a single-path converter as the sample 
rate is pushed close to the limit set by the fabrication 
technology [71]. Although the conversion speed of 
interleaved ADC arrays always surpass their single-path 
counterparts, the inherent problems of path mismatch and 
sample clock skew amongst the parallel paths substantially 
limit the attainable resolution of this converter. A single 
frontend SHA helps to mitigate the clock skew limitation 
but often has to be implemented in a different technology 
due to its high clock rate. Therefore, interleaved ADCs are 
suitable for 6-8-bit applications that require extremely high 
speed. Calibration is often engaged to improve the path 
matching condition. In spite of these difficulties, an 
interleaved pipeline converter clocked at 20 GS/s has 
recently been demonstrated [62]. 

G. Linearity Enhancement with Digital Techniques 
It has long been noticed that conversion nonlinearity 
resulted from component mismatch (such as capacitor ratio 
errors) can be remedied by recording the error in a 
memory and successively removed by trimming or digital 
post processing [59] [91]. It is especially suitable to 
Nyquist A/D architectures that use an algorithmic 
approach (non flash-type). A genre of the techniques, a.k.a. 
digital calibration, were later proliferated to treat amplifier 
offset and gain errors, switch-induced errors in algorithmic 
and multi-stage ADCs, and the path mismatch problem in 
interleaved ADCs [49-52] [54-56] [58] [66] [67] [90]. The 
recent flurry of research activities in this direction is most 
likely motivated by Moore’s law, which makes the digital 
calibration circuitry increasingly smaller and more power-
efficient [27] [31-33] [35] [38-40] [46] [62] [63] [87] [89]. 
Just as the oversampling technique trades speed for SNR, 
the calibration technique can trade digital complexity for 
precision. Therefore it presents a major opportunity for the 
design of high-performance ADCs in ultra-deep-submicron 
CMOS. The combination of oversampling, noise shaping, 
calibration, and higher device fT may constitute a viable 
approach for future high-DR, high-accuracy, and high-
speed A/D converters. Hitherto, calibration works on  
converters have been reported [76] [84]. The concept of 
digital trimming was also recently reported in a folding 
ADC [11]. 

                                                 
2 Strictly speaking, only the front stage is subject to these constraints 
while the input-referred noise and nonlinearity of later stages are much 
attenuated by the front stage. 
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Nonetheless, digital treatment on error parameters that are 
supply voltage and temperature dependent poses serious 
challenges on the adaptation speed of the calibration 
algorithm used. This may limit the types of errors that can 
be reliably treated. The use of simple analog building 
blocks in the critical paths of high-precision converters 
also invites common-mode rejection-ratio (CMRR) and 
power-supply rejection-ratio (PSRR) issues that are 
typically not included in the calibration loop. 

Scaling of Building Blocks 
Technology scaling affects the design choices for various 
ADC building blocks. Amplifiers, sample-and-hold (S/H) 
circuits and comparators are common building blocks for 
many A/D architectures. 

A. Operational Amplifier 
In frontend S/H amplifiers or multi-stage ADCs, precision 
op amps are almost invariably employed to relay the input 
signal (or the residue signal) to the trailing conversion 
circuits. Negative feedback is usually engaged to establish 
signal transfer fidelity. Operating on the edge of the 
performance envelope, op amps exhibit intense tradeoffs 
amongst the dynamic range, linearity, settling speed, 
stability, and power consumption. As a result, the 
conversion accuracy and speed are often dictated by the 
performance of these amplifiers. While technology 
advancement offers an attractive reward of wider 
bandwidth, hence a higher sampling rate, with high fT 
devices, concerns for matching, low intrinsic gain, hot 
carrier effect, and sensitivity to process variations often 
direct a seasoned designer away from using transistors of 
minimum channel lengths in high-performance op amps. 
Nonetheless, resorting to long-channel devices has only a 
limited capability to recover the needed open-loop gain to 
achieve a 10-bit or higher conversion accuracy. Multi-
stage amplifiers and gain-boosted single-stage amplifiers 
are becoming popular choices at low supply voltages. 
Although the necessity for frequency compensation 
renders a multi-stage amplifier less power-efficient, it may 
become the only viable op-amp architecture at a supply 
voltage of less than 1V. CMOS gain boosting (a.k.a. active 
cascode) exploits the fact that when the load is purely 
capacitive, the DC gain of an op amp can be increased by 
enhancing the cascoding effect using negative feedback 
[92]-[94]. The technique is effective in boosting the output 
resistance Ro with negligible effect on the effective Gm. 
Recently, it was demonstrated that further gain is 
attainable through a recursive gain-boosting technique [36]. 
The ultimate limit of this approach would be the direct 
current path to ground at the drains of the cascode devices 
due to hot carrier induced substrate current and the 
effective gate resistance due to oxide tunneling current. 
In addition to various short-channel effects, the most 
prominent challenge presented by technology scaling is 
probably the reduced supply voltage. It has become 
increasingly difficult to maintain the dynamic range of an 
op amp while keeping its power consumption low. Recent 

designs all exploited the differential topology to improve 
SNR and noise immunity. Stressed by the ever-decreasing 
supply voltage, pseudo-differential op amps have also been 
explored more frequently [36] [42] [43]. However, with 
this architecture, care must be exercised to regulate the 
common-mode biasing in a multi-stage ADC to avoid 
unnecessary accumulation of offset voltages. Switched op 
amp is another approach to achieve high output swing and 
to save power (it can also function as the sampling switch). 
While the slow turn-on following a complete op-amp turn-
off lead to low conversion speeds in earlier works, a recent 
attempt demonstrated an 8-bit, 200-MS/s pipeline ADC 
with partially switched op amps [30]. 

B. Sample-and-Hold 
Inherent to the A/D conversion process is a sample-and-
hold (S/H) circuit that resides in the frontend of a 
converter (and also between stages in a multi-stage 
converter). In addition to suffering from additive circuit 
noise and signal distortion just as the rest of the converter 
does, the S/H also requires a precision time base to define 
the exact acquisition time of the input signal. The dynamic 
performance degradation of an ADC can often be 
attributed to the deficiency of the S/H circuit (and the 
associated buffer amplifier). 

In CMOS technology, switched capacitors are the 
preferred implementation of the S/H circuits (Fig. 9). The 
performance of these samplers can be gauged by the small-
signal bandwidth when the switches are on and the ratio of 
the gate capacitance of the switch to that of the sampling 
capacitor. Technology scaling reduces the associated 
capacitance while keeping the switch on-resistance nearly 
constant [97]; not only does this improve the tracking 
bandwidth of the S/H, it also alleviates the charge injection 
problem during the turn-off of the sampling switch, which 
typically results in distortion as the dynamics of the 
switch-off is quite signal-dependent (even with bottom-
plate sampling). In other words, the increase of fT through 
technology scaling improves the linearity of the sampling 
switch. A rule-of-thumb is to use minimum channel length 
for switches when no critical matching/leakage 
requirement is concerned. 
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Fig. 9.  Top- (left) and bottom- (right) plate sampling. 
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Fig. 10.  Concept of clock bootstrapping. 
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A prominent drawback of a simple S/H is the on-resistance 
variation of the input switch that introduces distortion. 
Technology scales the supply voltage faster than the 
threshold voltage, which results in a larger on-resistance 
variation in a switch. As a result, the bandwidth of the 
switch becomes increasingly signal dependent. Clock 
bootstrapping was introduced to keep the switch gate-
source voltage constant [28] [44] [48] [55] [78] [83]. Care 
must be exercised to ensure that the reliability of the 
circuit is not compromised. 
In most high-performance sampled-data acquisition 
interfaces, the sampling clock is derived directly or 
indirectly (e.g., through phase-locking) from an off-chip 
low-phase noise crystal oscillator. This setup often renders 
the on-chip clock buffer the dominant source of aperture 
jitter. The improvement of the rise/fall time of digital gates 
over each generation of technology desensitizes the clock 
buffer jitter performance to circuit and supply noises. 

C. Preamp and Comparator 
The offset in preamps and comparators constitutes the 
major source of error in flash-type converters. Simple 
differential structure with thin oxide devices will keep 
dominating the preamp architecture in newer technologies. 
Dynamic performance is crucial at high sample rates with 
high input frequencies. Circuit techniques addressing these 
issues [12] [20] will continue to be explored. 

Summary 
Sustained scaling of high-performance CMOS ADCs in 
the ultra-deep-submicron regime and the prospect for 
future performance attainable through technology scaling 
are analyzed and projected. 
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AII-MOS Charge Redistribution Analog-to-Digital
Conversion Techniques—Part I

JAMES L. McCREARY, STUDENT MEMBER, IEEE, AND PAUL R. GRAY, MEMBER, IEEE

Abstract–This two-part paper deaeribes two different techniques for
performing analog-to-digital (A/D) conversion compatibly with standard

single-channel MOS technology. In the fust paper, the use of a binary

weighted capacitor array to perform a high-speed, successive approxi-
mation conversion is discussed. The technique provides an inherent

Sample/hold function and can accept both polarities of inputs with a
singIe positive reference. The factors limiting the accuracy and con-
version rate of the technique are considered analytically. Experimental
results from a monolithic prototype are presented; a resolution of 10

bits was achieved with a conversion time of 23 W. The estimated die

size for a completely monolithic version is 8000 milz.

The second paper [3] describes a two-capacitor successive approxi-

mation technique, which, in contrast to the first, requires considerably
less die area, is inherently monotonic in the presence of capacitor ratio

errors, and which operates at a somewhat lower conversion rate. Factors

affecting accuracy and conversion rate are considered analytically. Ex-

perimental results from a monolithic prototype are presented; a resohr-
tion of 8 bits was achieved with an A/D conversion time of 100 M.

Used as a D/A converter, a aettfing time of 13.5 us was achieved. The
estimated total die size for a completely monolithic version including

logic is 5000 mi12.

I. INTRODUCTION

MOST conventional techniques for analog-to-digital
(A/D) conversion require both high-performance analog
circuitry, such as operational amplifiers, and digital

circuitry for counting, sequencing, and data storage. This has
tended to result in hybrid circuits consisting of one or more
bipolar analog chips and an MOS chip to economically per-

Manuscript received March 28, 1975; revised July 30, 1975. This re-
search was sponsored by the National Science Foundation under Grant
GK-40912. This paper was presented at the International Solid-State
Circuits Conference, Philadelphia, Pa., February 1975.

The authors are with the Department of Electrical Engineering and
Computer Sciences and the Electronics Research Laboratory, University
of California, Berkeley, Calif. 94720.

form the digital functions [1]. This paper describes a new,

all-MOS technique which is realizable in a single chip and per-
forms a 10-bit conversion in 23 I.M[6]. It includes an intrinsic

sample-and-hold function, accepts both bipolar and unipolar
inputs, and is realizable with standard N-channel metal gate
technology.

For the realization of a fast, successive-approximation A/D
converter in MOS technology, conventional voltage driven

R-2R techniques are cumbersome since diffused resistors of
proper sheet resistance are not available in the standard single-

channel technology. A complex thin-fdm process must be
used. Furthermore, these approaches require careful control
of the “ON” resistance ratios in the MOS switches over a wide

range of values.
In contrast to its utilization as a current switch, the MOS de-

vice, used as a charge switch, has inherently zero offset voltage
and as an amplifier has very high input resist ante. In addition,
capacitors are easily fabricated in metal gate technology.

Therefore, one is led to use capacitors rather than resistors as
the precision components, and to use charge rather than

current as the working medium. This technique, referred to as
charge-redistribution, has been used in some discrete com-
ponent A/D converters for many years [~] , [7] . However,
these converters have required high-performance operational
amplifiers which are difficult to realize in single-channel MOS
technology.

This paper describes a new A/D convel-sion technique using
charge redistribution on weighted capacitors, while a com-

panion paper [3] describes another application of the charge
realist ribution concept using two equal capacitors. In Sec-
tion II of this paper, the binary-weighted capacitor capacitor
array and its operation is described. In Sections 111and IV,
the limitations on the speed and resolution are analyzed. Ex-
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Fig. 1. Conceptual S-bit A/D converter illustrating the sample mode

operation. Fig. 2. Pre-redistribution hold mode operation.

perimental results from a prototype system are presented in

Section V.

II. CHARGE REDISTRIBUTION A/D CONVERSION

TECHNIQUE USING BINARY WEIGHTED CAPACITORS

The new A/D conversion technique is illustrated with a con-

ceptual 5-bit version of the converter shown in Fig. 1. It con-

sists of a comparator, an array of binary weighted capacitors
plus one additional capacitor of weight corresponding to the
least significant bit (LSB), and switches which connect the
plates to certain voltages. A conversion is accomplished by a
sequence of three operations. In the first, the “sample mode”
(Fig. 1), the top plate is connected to ground and the bottom
plates to the input voltage. This results in a stored charge on

the top plate which is proportional to the input voltage En.
In the “hold mode” of Fig. 2, the top grounding switch is then
opened, and the bottom plates are connected to ground. Since
the charge on the top plate is conserved, its potential goes to
-fin. The “redistribution mode,” shown in Fig. 3, begins by
testing the value of the most significant bit (MSB). This is
done by raising the bottom plate of the largest capacitor to the
reference voltage Vref. The equivalent circuit is now actually a
voltage divider bet ween two equal capacitances. The voltage

Vx, which was equal to - fin previously, is now increased by
~ the reference as a result of this operation.

Sensing the sign of Vx, the comparator output is a logic ‘1‘ if
Vx <0 and is a ‘O’if Vx >0. This is analogous to the interpre-
tation that

if Vx<O then fin > ~;

hence the MSB = 1; but

if VX>O then & <~;
2

therefore the MSB = O. The output of the comparator is,
therefore, the value of the binary bit being tested. Switch S1
is returned to ground only if the MSB b~ is a zero. In a similar
manner, the next MSB is determined by raising the bottom
plate of the next largest capacitor to VI,, and checking the
polarity of the resulting value of Vx. In this case, however,

/-
ax. -2CVIN

1 1
Vx

CT
——

‘T ‘---” -

i+ i?,S2

Fig. 3. Redktribution mode operation,

Fig. 4. Example of a final configuration.

the voltage division property of the array causes Vref/4 to be

added to Vx:

Conversion proceeds in this manner until all the bits have
been determined. A final configuration is illustrated in Fig. 4
for the digital output 01001. Notice that all capacitors corre-
sponding to a ‘O’ bit are completely discharged. The total
original charge on the top plates has been redistributed in a
binary fashion and now resides only on the capacitors corre-
sponding to a ‘1’ bit. N redistributions are required for a con-

version resolution of N bits. In contrast to earlier charge
redistribution techniques, the capacitance of the lower plate
switch does not affect the accuracy of the conversion 14] .
This fact is evident since the switch capacitance is either dis-
charged to ground or is charged by Vref but never absorbs
charge from the top plate. Therefore, the switch devices can
be quite large permitting rapid redistributions. On the other
hand, the top plate of the array is connected to all the capaci-
tors and to a switch and to the comparator resulting in a large
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parasitic capacitance from the top plate to ground. The na-
ture of the conversion process, however, is such that VX is

converged back towards zero—its initial value. Hence, the
charge on this parasitic is the same in the final configuration

as it was in the sample mode. Therefore, the error charge
contributed by this parasitic is very near zero. For the 10-bit

converter the parasitic capacitance at the top plate can be 100

times the value of the smallest capacitor and still cause only

0.1 bit offset error. This is equivalent to saying that the
smallest capacitor may be much smaller than the parasitic and
clmsequently the largest capacitor may be reduced in value
proportionally. Furthermore, the initial value of VXneed not
necessarily be zero but can be the threshold voltage of the

comparator. This fact allows cancellation of comparator off-
set by storing the offset in the array during the sample mode.

The linearity then is primarily a function of the ratio accuracy

of the capacitors in the array.
By only a slight modification of the array switching scheme

bipolar voltage inputs can be encoded while still using only
the single positive reference. This is achieved by connecting
the bottom plate of the largest capacitor to V,ef during the
sample mode resulting in a stored charge:

()QX=-CTOT !f+~ .

Each bit is then tested in sequence just as before except that
the largest capacitor is switched from V,ef to ground during its
test, while all the other capacitors are switched from ground
tcl V,,f. Also, as before, a bit value is true if VXis negative

after the test. The expression for VX again converges back
towards zero:

~x=.fi (bl~ bs bs bl

)
+Vref -—+—+—+...+— =0.

2 2’ 22 23 ’21O

For a IO-V reference, blo is ‘O’ for O < ~n <10 V, but is ’1’
fc,r -10 V < fin <0. Therefore, blo represents’ the sign bit

and its function is to level shift V’ in order to accommodate
negative inputs. Hence, a 10-bit conversion is achieved over

the input range f 10 V with negative numbers expressed in l‘s
cc~mplement.

III. FACTORS LIMITING ACCURACY

While monolithic circuit technology has had great impact on

the cost of many analog circuit functions, such as operational
amplifiers. the impact on the cost of A/D and D/A converters
has not been as great. This is due to the complexity of a com-
plete converter, and more importantly, to the problem of

cc,mponent matching. Because of the difference between
the aspect ratios of diffused resistors of practical value
versus those of capacitors, the attainable matching accuracy
is higher for capacitors given the same overall die area.
The flexibility of capacitor geometry allows them to be made
square or even circular so as to optimize mat thing accuracy,
as discussed further in the companion paper [3] .

[n this technique a mismatch in the binary ratios of capaci-

tors in the array causes nonlinearity. It cannot cause a gain
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Fig. 5. Sensitivity of A/D conversion linearity to individual capacitor
value.

error because the end points of the transfer function curve,

Vout versus ~n, are not dependent on capacitor matching.

This results from the fact that no net charge redistribution be-

tween capacitors occurs for either zero or full-scale input since

all capacitors are either fully discharged or fully charged, re-

spectively. For the same reason no offset error can arise from

capacitor mismatch since the mismatch cannot be manifested

unless a charge redistribution exists in the final configuration.

First consider the ideal case in which all the capacitors of the

general N-bit conve~ter shown in Fig. .5 have the precise binary

weight values. For this case the digitaf output x is a regular

staircase when plotted against V. dm, an every transition occurs
at a precise value of Vln designated VT. On the other hand,
changing one capacitor from its ideal value by a small amount

ACN causes all transition points to shift somewhat, but there
will be one worst case transition. The ratio A VT/ VR is the
normalized worst c ise fraction deviation in transition point
from the ideal. This is also a measure of the nonlinearity. The
ratio of this deviation to the fractional change in capacitor
value AC’N/C’N represents the sensitivityy of linearity to in-

dividual capacitor value. The plot of sensitivity, also shown in
Fig. 5, shows that linearity is very sensitive to a fractional
change in the large capacitors, but not very dependent upon
similar fractional changes in the smaller capacitors. Therefore,
the smaller capacitms have great allowable tolerances. It
should be pointed out that actually all capacitors have simul-

taneous deviations which cause ratio errors and the worst case
combination of these must always be considered. Thus, the
optimization of the ratio accuracy in the array is a prime
consideration.

Capacitor ratio error results from several causes, one of which

is the undercutting of the mask which defines the capacitor.
Consider two capacil.ors Cq and Cz, shown in Fig. 6, which are
nominally related b y a factor of 2: C4 = 2C2. During the
etching phase of the photomask process a poorly controlled

lateral etch occurs called undercut. Let Ax be the undercut

length and LQ be th: side length of Cq, also shown in Fig. 6.

Then a ratio error is produced between C4 and C2 which is
proportional to the undercut length:

Authorized licensed use limited to: UNIVERSITY OF OSLO. Downloaded on March 10,2010 at 08:35:25 EST from IEEE Xplore.  Restrictions apply. 



374 IEEE JOURNAL OF SOLID-STATE CIRCUITS, DECEMBER 1975

uNDERCUT- INSENSITIVE GEOMETRY
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Fig. 6. Capacitor ratio error due to photomask undercut
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Fig. 7. Capacitor ratio error due to oxide gradients.

C4 = 2c~(l + e);
Ax

ez4—.
Le

This problem can be circumvented by a geometry such that
the perimeter lengths as well as the areas are ratioed. This can
be done, as seen in Fig. 6, by paralleling identical size plates to
form the larger capacitors. Thus the capacitor ratios are not
affected by undercut.

Long range gradients in the thin capacitor oxide can ako
cause ratio errors. These gradients arise from nonuniform
oxide growth conditions. If this variation in oxide thickness

is approximated as first-order gradient, as shown in Fig. 7,
then the resulting ratio error is proportional to the fractional
variation in oxide thickness:

Cq = 4CI(1 + 2eL); ~=c.
x~

Experimentally, values of 10-100 ppm/mil have been observed

for the factor e. Error from this source can be minimized by

improved oxide growth techniques and by a common centroid

geometry. This is done in Fig. 7 by locating the elements of

the capacitors in such a way that they are symmetrically

spaced about a common center point. In this way the capacitor

ratios may be maintained in spite of first-order gradients. Al-

though undercut and oxide gradient errors can be minimized,

a random edge variation will still exist and cause small ratio

errors.

Any significant variation of small signal capacitance with dc

terminal voltage would limit the accuracy because a non-

linearity would result. For MOS capacitors on heavily doped

N+ back plates voltage coefficients of less than 24 ppm/V

have been observed. This is insignificant at the 10-bit con-

verter level.

Dielectric absorption is a phenomenon in which a residual

voltage appears on a capacitor after it has been rapidly dis-

charged. However, MOS capacitors display a relaxation which

is unimportant for the 10-bit converter.

The voltage comparison process is fundamental to A/D con-

version. The offset voltage of the comparator is usually mani-

fested as an offset error in the digital conversion. Because of

the relatively large gate-source voltage mismatch in MOS

differential amplifiers, the offset voltage of the all-MOS com-

parator must be eliminated as a source of error. This can be

accomplished either by digital means or by offset cancellation

techniques. In this circuit the offset is stored and then sub-

tracted at a later time by the sequence of events illustrated in

Fig. 8. During the sample mode, fin remains connected to

the bottom plates but switch S1 is also ON and precharges the
top plate of the array to the threshold voltage of stage A 1.

S1 then turns off, but since A2 is identical to A 1 its input is

also at the threshold. Since S2 is ON in the “up” position the
output of A 2 is saved at a storage node at one input of A 3.
During the subsequent redistribution mode S1 always remains
OFF but S2 turns ON in the “down” position after each re-

distribution loading the output of A 2 at the other storage

node input of A3. This provides a first-order cancellation of

switch feedthrough at both storage nodes. Since A 3 is a differ-
ence amplifier, the offset of A 1 and A 2 together with the
feedthrough of S1 have been cancelled. The offset of A 3 is
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Fig. 8. Comparator offset cancellation.

therefore the only significant offset in the comparator. This
offset is reflected back through the gain stages A 1 and A 2
giving an effective offset [5]:

‘&A ~
‘Oseffective = (j?A~ . (JA2’

Th$ gain product GA~ . GA~ ~ 50 for this circuit.

The conversion technique as described thus far produces a

transfer characteristic like that shown in Fig. 5 in which the
first transition occurs at one LSB voltage away from the origin.

Actually, for minimum quantization error this first transition
shc,uld occur only ~ LSB voltage away from the origin. The
cancellation of this offset may be accomplished by returning
the lower plate of the smallest capacitor to Vref/2 rather
than ground after the sample mode.

A great advantage of the Si02 dielectric capacitor is its very
low temperature coefficient of approximately 20 ppm/°C in

contrast with approximately 2000 ppm/°C for diffused re-
sistors and several hundred ppm/°C for thin film and implanted
resistors. Thus, capacitor ratios are less sensitive to tempera-
ture gradients than resist or ratios. Since component mis-
match usually has a greater effect upon linearity than upon
gain or offset errors, the temperature coefficient of non-
linearity is lower for this conversion technique in comparison

wit h R -2R approaches.

IV. FACTORS LIMITING CONVERSION RATE

Compared with many conversion techniques, the successive
approximation method used in this circuit is capable of rapid
conversion. The conversion requires two distinct operations.
The first is the charging of the capacitor array to the input
voltage during the sample mode, and the second is the re-
alistribution of the charge on the capacitor array during the
successive approximation conversion process. The equivalent
circuit during the sample mode is shown in Fig. 9. The total ar-
ray capacitance CT is charged through the source resistance Rs,

1. SAMPLE MODE PRECHARGE

RONQ

J_ L L J.

,__kE[20NN ‘

2. CHARGE REDISTRIBUTION AND COMPARISON

REMAINDER OF ARRAY~_—–,

c“

r~l!

C.q

‘ONN I =
R*q

~,’1
L—__J

Fig. 9. Factors limiting conversion rate,

and equivalent ON resistance of the top plate grounding switch

RONG, and the equivalent ON resistance of the binarily scaled
switches. The time ccmstant is thus:

[

RON,
-rl= Rs+ 1—‘kRONGcr.

2

During the redistribution cycle, also illustrated in Fig. 9, the
time constant is the series combination of the capacitor being
tested and its switch resistance plus the equivalent capacitance
and resistance of the remaining elements of the array:

RON
T2 = ~ CT.

The maximum conve::sion rate is determined by the time re-
quired for one sample mode precharge and subsequently for

ten redistribution cycles to go to completion, with time al-
lowed for one comparison after each redistribution. In the ex-
perimental circuit to be described later, each of these delays

contribute to the total conversion time, but it is instructive to
consider the fundamental limitations on the conversion rate
of this technique.

Assuming that the source resistance R. can be made small,
the acquisition time ~“1is dependent upon RON, and RONG.

The former can be made small compared to RONG since Me

gate-source and gate--drain capacitance of the bottom plate
switches do not result in conversion errors. The gate-drain

capacitance of the grounding switch, however, can affect the
accuracy of the conversion [8]. In the realization described
later this error is cancelled, but assume for the time being that
this was not done. The time constant during precharge for
this limiting case is

CT
T1 =RONGCT ‘—w —.

P j; CO(~GS(ON) - VT)
.

Assuming an optimum gate drive signal on the grounding
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Fig. 10. Complete A/D converter.
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switch, the error voltage is given by

VE=%J(VG~(ON) - VT)

and therefore

LLA~~~4v~8~6~2
V2 V4 V8

Fig. 11. Schematic of the experimental integrated circuit.

Here the overlap capacitance has been neglected, and it has

been assumed for simplicity that the error charge transferred
to CT is simply the channel inversion layer charge, represented

by the quantity C~~ [ VG~(ON) - VT] . This result implies for

example, that for a 0.1 percent error, 10-p channel length, and

N-channel devices, a minimum acquisition time of about 3 ps

is required.

Actually, this source of error is not a fundamental limitation

on accuracy since it is simply an offset error and can be can-

celled by using either analog or digital techniques. These tech-

niques, however, require considerable time for the sampling

and processing of the offset voltage so that this problem does

place a practical limit on the conversion rate.

The redistribution time ~z is dependent on RON of the
bottom plate switches which can be made arbitrarily small at
the cost of the die area. For very large devices, the redistribu-

tion time will approach that required for the switches to
change their own drain-bulk capacitance.

Following each redistribution, a time interval is required for
the voltage comparator to settle to the correct state. This
time interval becomes longer as the resolution becomes higher
and the minimum overdrive signal becomes smaller. Com-
parator delay is a fundamental limiting factor in the rate at

which conversions can be accomplished.

V. CIRCUIT DESCRIPTION AND EXPERIMENTAL RESULTS

Fig. 10 shows a complete A/D converter using the technique
described in this paper. In block diagram form the system is
composed of a capacitor array, a comparator, and control and
sequencing logic. The feasibility of this technique was investi-
gated by fabricating only the critical portions of the circuit,
the array and the comparator, in monolithic form using stan-
dard N-channel MOS technology. Although the control and
sequencing logic was composed of TTL gates, the monolithic
realization of this circuit in MOS technology is straightforward.

The experimental integrated circuit schematic is shown in
Fig. 11. During the sample mode, offset cancellation is ac-
complished by the precharge control signals. After precharge
is completed, the initial value of VI is saved at a storage node
Vq by the action of a transmission gate. After each redistribu-
tion, the amplified value of VI is transmitted to node V5 in
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Fig. ~2. Die photo.

om plate lead

TOP sting metal

II II

Fig. 13. MOScapacitor structure.

preparation for the subsequent test of the bit value. Since
both latch strobe signals are initially high the difference signal
at the latch is given by

(V, - V9) = (V. - V5) “GA,

where GA3 is the gain of amplifier A 3 previously discussed.
The total signal gain from the comparator input to the latch
input is about 200, hence a 10-mV change in VI produces a
2-V differential signal at the latch. When the latch strobe sig-
nals go low the cross-coupled pair becomes regenerative and

the full gain of the comparator is realized. The final state of
the latch is then buffered off chip.

The die photo of Fig. 12 shows the capacitor array totaling
240 pF positioned above the comparator. The extreme right

and left segments of the array “are connected in parallel to
form the largest capacitor. The next two segments on each
sids compose the next largest capacitor and so on, so that the
common centroid is the center of the array. Note that the
larger capacitors are composed of small squares 3 X 3 rnils to
reduce the sensitivity to undercut. The capacitor array has

dimensions 75 X 58 roils, and an estimated die size including
the digital control is 90 X 90 roils.

The MOS capacitor structure is shown in Fig. 13. Notice

that only the metal edge defines the capacitor area, thus

taking advantage of the better resolution properties of some

positive photoresists, The floating redundant metal strips
maintain a relatively constant etchant concentration at every
capacitor edge, thereby assuring nearly uniform undercutting
effects for all capacitors. The capacitor interconnect spans the

thin oxide of each capacitor in a single direction so that ca-

pacitor area is insensitive to mask alignment errors, The area
of the interconnect over the thin oxide is included in capacitor
area calculations, while the area over the thicker oxide is
neglected. Interconnect that passes over field oxide causes a
parasitic capacitance from the top plate to ground which does
not affect circuit performance as previously shown. A first-
order cancellation of corner-rounding effects is made by de-
signing each capacitor with an equal number of 90° and 270°
corners.

The central question of the feasibility of this approach is the
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Fig. 14. Distribution of capacitor ratio errors for 47 10-bit converter arrays. Vertical axis is the fractional ratio error white
the horizontal axis is the frequency of occurrence for each capacitor.

accuracy with which the capacitor ratios can be maintained
using conventional photomasking. Extensive data have been
gathered on the ratio accuracy of the array and typical results
from three different wafers are shown in Fig. 14. This is the
distribution of measured errors in the ratio of each individual
capacitor to the total array capacitance. The horizontal axis
represents the frequency of occurrence. Assume for a moment

that capacitor ratio error were the only factor affecting yield.

Then from these data the yield for +$ LSB linearity for 8,9,
and 10 bits resolution would be 98 percent, 94 percent, and

45 percent, respectively, for this sample of 47 functional arrays.

The feasibility of the technique was further studied by oper-

ating the experimental chip with external logic as a complete

A/D converter. The linearity and offset of a sample of devices
were evaluated using the experimental procedure shown in
Fig. 15. The output of the A/13 was connected to a 12-bit D/A
converter. Since U. was a long period ramp, the output of
the D/A was a staircase. The difference between these signals
is a representation of the total conversion error, and is con-
nected to the y-axis of the plotter. The zero-to-full-scale re-
cording of the output is shown also in Fig. 15. Since the

10-mV marks correspond to the ~ LSB error levels the error
is seen to be less than ~ LSB. An expanded recording which
permitted the visual resolution of all 1024 states was used for
actual verification of the results.

A summary of the measured results is shown in Table I. The
sample mode acquisition time is the minimum precharge time
required for an accurate conversion of a 5-V step change at
the input. The total conversion time corresponds to a 44-kHz
sampling frequency.

VI. SUMMARY

A new, all MOS A/D conversion technique has been demon-
strated which, with the addition of an external reference, can
be used to realize a standard-process A/D converter on a single

DIGITAL
OUTPUT

‘REF
12 011

DIFFERENTIAL AMPLIFIER

A/0

~N 1

PLOTTER
~k-

TYPICAL RECORDING

-001 {i2345676, ,o

Fig. 15. Experimental measurement of A/D converter nonlinearity.

TABLE I
MEASUREDPERFORMANCEDATA

Resolution 10 bits
Linearity ?1/2 LSB
Input voltage range o-1o v
Input offset voltage 2 mV
Gain error <0.05 percent (external reference)
Sample mode acquisition time 2.3 ~S
Total conversion time 22.8 #S

chip. Experimental data were presented which indicated that

8-bit resolutions can be attained at very high yield and low
cost using standard N-channel MOS technology, and that 10-
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bit resolution can be achieved at somewhat lower yield. It is

believed by the authors that more careful control of photo-
li.thographic processing would result in very high yield at the

10-bit level and significant yield at even higher resolutions.
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Ab$tract–TJris two-part paper describes two different techniques for
performing analog-to-digital (A/D) conversion compatibly with standard

single-channel MOS technology. In the first paper, the use of a binary

weighted capacitor array to perform a high-speed successive approxima-

tion conversion was discussed.
Titis second paper describes a two-capacitor successive approximation

technique, which, in contrast to the first, requires considerably less die
aiea, is irdwrently monotonic in the presence of capacitor ratio errors,
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and which operates at somewhat lower conversion rate. Factors affect-
ing accuracy and conversion rate are considered analytically. Experi-
mental results from a monolithic prototype are presented; a resolution
of eight bits was achieved with an A/D conversion time of 100 p.s.
Used as a digital-to-analog (D/A) converter, a settling time of 13.5 JSS

was achieved. The estimated total dle size for a completely monolithic
version including logic is 5000 mi12.

I. INTRODUCTION

AS DISCUSSED in Part I [9] of this paper, widespread ap-
plication of techniques for digital processing of analog
signals has be(m hindered by the unavailability of inex-

pensive functional blocks for analog-to-digital (A/D) conver-
sion. Traditional approaches to A/D conversion have required
the simultaneous implementation of high-performance analog

circuits, such as operational amplifiers, and of digital circuitry
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Analog Circuits in Ultra-Deep-Submicron CMOS
Anne-Johan Annema, Member, IEEE, Bram Nauta, Senior Member, IEEE, Ronald van Langevelde, Member, IEEE,

and Hans Tuinhout

Abstract—Modern and future ultra-deep-submicron (UDSM)
technologies introduce several new problems in analog design.
Nonlinear output conductance in combination with reduced
voltage gain pose limits in linearity of (feedback) circuits.
Gate-leakage mismatch exceeds conventional matching toler-
ances. Increasing area does not improve matching anymore,
except if higher power consumption is accepted or if active can-
cellation techniques are used. Another issue is the drop in supply
voltages. Operating critical parts at higher supply voltages by
exploiting combinations of thin- and thick-oxide transistors can
solve this problem. Composite transistors are presented to solve
this problem in a practical way. Practical rules of thumb based on
measurements are derived for the above phenomena.

Index Terms—Analog design, breakdown, CMOS, distortion,
evolution, future performance, gate leakage, low power, low
voltage, mismatch, scaling, technology, UDSM.

I. INTRODUCTION

THE evolution in CMOS technology is motivated by
decreasing price-per-performance for digital circuitry;

its pace is determined by Moore’s Law. To ensure sufficient
lifetime for digital circuitry and to keep power consumption at
an acceptable level, the dimension-shrink is accompanied by
lowering of nominal supply voltages. While this evolution in
CMOS technology is by definition very beneficial for digital,
this is not so for analog circuits [1]–[3].

Contemporary ICs are mixed-signal systems consisting of a
large digital core including amongst others a CPU or DSP and
memory, often surrounded by several analog interface blocks
such as I/O, D/A, and A/D converters, RF front ends, and more.
From an integration point of view all these functions would
ideally be integrated on a single die. In this case the analog
electronics must be realized on the same die as the digital
core and consequently must cope with the CMOS evolution
dictated by the digital circuit. This paper discusses a number
of issues for analog designs in modern and future ultra deep
submicron (UDSM) CMOS processes and possible ways to
maintain performance [3].

CMOS evolution has come to a point where for analog
circuits new phenomena need to be taken into account. A major
issue is the decreasing supply voltage. Although the supply
voltage has dropped from 5 V in the early nineties down to 1.2 V
today, most analog circuits can still be designed. However, a
further drop in supply voltages is expected to cause serious

Manuscript received April 11, 2004; revised May 28, 2004.
A. J. Annema and B. Nauta are with the IC Design Group, University of
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R. van Langevelde and H. Tuinhout are with Philips Research Laboratories,
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roadblocks for analog circuits, because the signal headroom
becomes too small to design circuits with sufficient signal
integrity at reasonable power consumption levels. Although
the analog transistor properties do not really get worse when
comparing them at identical bias conditions, lower supply
voltages require biasing at lower operating voltages which
results in worse transistor properties, and hence yield circuits
with lower performance.

A second issue is gate leakage. Gate leakage will increase
drastically when migrating to newer technologies. When the
gate oxide thickness is reduced with the equivalent of one
atomic layer, the gate current increases by approximately
one order of magnitude. Despite technological remedies, gate
leakage will become part of analog design-especially for long
transistors; e.g., in 65 nm technology the current gain of a
MOSFET will be as small as unity for a channel length of
30 m. In this paper, we introduce a bias insensitive frequency

for quick estimation of the effect of gate leakage. Another
issue is gate leakage current mismatch. For large area (long

) transistors mismatch will be dominated by gate leakage
mismatch. This effect puts a new upper limit on achievable
matching performance. This problem can be coped with by
accepting increased power consumption or by using active
cancellation techniques.

This paper is organized as follows. Section II reviews the
implications of going to lower supply voltages. Section III
discusses the trend in a number of bare transistor properties,
also illustrating that lower supply voltages degrade circuit
performance. In Section IV is introduced while its use and
applications are discussed in Section V. Section VI discusses
a solution for the reduced nominal supply voltage aspects of
newer CMOS generations: operating analog circuits at rela-
tively high voltages, using thick oxide transistors and composite
high-voltage transistors.

II. FUNDAMENTAL IMPLICATIONS OF LOWER

SUPPLY VOLTAGES

From a circuit point of view, plain physics dictates that the
power consumption of analog circuits is proportional to the
level of signal integrity (e.g., the signal-to-noise ratio, SNR,
or the signal-to-noise and distortion ratio, SINAD) and to the
signal frequency [4]–[6]. In other words: for analog circuits
more performance comes at the cost of higher power consump-
tion. There is a factor between the actual and the fundamental
minimum power consumption that takes into account imple-
mentation overhead, margins in operating conditions and device
spread. A common observation in all power-performance rela-
tions is that power consumption rises with decreasing supply
voltages. Appendix A presents a short review of a number of

0018-9200/$20.00 © 2005 IEEE
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Fig. 1. Minimum power consumption for an (arbitrary) analog circuit (see
Appendix A) with fixed topology and performance as a function of the supply
voltage, for four technologies. Pushpins correspond to the power consumption
in a technology at the nominal supply voltage for each CMOS process.

power-performance relations and discusses exceptions to the
“rule.”

For a given power budget the performance drops when
migrating to newer technologies, simply because of their lower
supply voltages. This is probably the single most important
effect that (fundamentally and practically) complicates analog
designs at low supply voltages. For Fig. 1, a simple unity gain
voltage buffer with fixed topology, fixed performance and fixed
technology was optimized for minimum power consumption;
see also Appendix A. In the optimization process, signal swing,
all bias conditions of transistors and device dimensions were
optimized [6]. It follows that the minimum power consumption
increases with decreasing supply voltages. However, at constant
supply voltage, porting the circuit to a newer technology lowers
the required power consumption.

III. SCALING OF CONVENTIONAL TRANSISTOR PROPERTIES

Apart from issues at circuit level, basic transistor properties
also change with CMOS technology evolution. This section re-
views a few important properties.

A. DC Properties at Constant Voltage Headroom

This section presents the trend in dc properties of MOS
transistors at constant voltage headroom under typical
analog operating conditions (low gate-overdrive voltage ).
Note that these conditions are usually not satisfied when porting
designs to newer technologies because of decreasing nominal
supply voltages. For reasons of clarity, it is however a fair
condition for the comparison of bare transistor properties.

Low-distortion at quasi-dc frequencies is relevant for many
analog circuits. Typically, quasi-dc distortion may be due to
nonlinearities in the transistors’ transconductances and in their
output conductances. However, nonlinearities of transconduc-
tances are usually not very relevant as they are more or less
constant over technologies (under comparable biasing) and
because the signal swing is usually low in a feedback
or amplifier configuration. Fig. 2 shows the transconductance
normalized with respect to the drain current [7] as a func-
tion of the gate-overdrive voltage , derived
from measurement on transistors in four different technologies;

Fig. 2. The transconductance normalized with respect to the gate-overdrive
voltage V , for four technologies.

clearly the normalized hardly changes over technology.
For output conductance we find the opposite: it is heavily de-
pendent on biasing, size, technology and typically sees large
voltage swings. For this reason the remainder of this section
reviews trends in output conductances. As a simple estimate
of linearity, let us assume an MOS transistor with a nonlinear
output conductance, and an output voltage consisting of a
sine superimposed on a dc voltage. The drain current can be
approximated by

(1)

The harmonic current components typically add to total har-
monic distortion, but can be suppressed with voltage loop gain.
Voltage loop gain at quasi-dc frequencies in transistor circuits
is the combined effect of a number of ratios and as such
also depends on transistor output conductance. Fig. 3 shows
graphs of transistor voltage gain and distortion, the latter ex-
pressed in output , as a function of the
effective gate-overdrive voltage . The curves are derived
from nonlinearly interpolated measurements on devices from
four technologies; the length of all transistors was 1 m for
comparison reasons. Note that the curves are independent of the
drain-current level.

Fig. 3(a) shows that at constant gate-overdrive voltage
and fixed drain source voltage (here 0.3 V) the voltage gain
of transistors decreases somewhat with newer technologies:
a factor 2 in four generations. Fig. 3(b) shows that with the
same scaling the output IP3 improves. The combined effect of
these two trends is that at fixed transistor length and at constant
voltage headroom, the quasi-dc circuit performance hardly
changes over technology. Note that constant voltage headroom
implies that no supply voltage downscaling is done.

B. DC Properties at Decreasing Voltage Headroom

With migration to more advanced CMOS processes usually
the supply voltage of a circuit realized in that technology is de-
creased, implying that the voltage headroom and signal swing
of individual transistors are also decreased. Fig. 4(a) shows the
transistor voltage gain, following from nonlinearly interpolated
measurements, now under the assumption that the quiescent
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Fig. 3. Various DC-properties of transistors as a function of the gate-overdrive voltage at fixed V = 0:3 V and L = 1 �m for four technologies: (a) the gain
and (b) the output IP3.

Fig. 4. Various dc properties of transistors as a function of the gate-overdrive voltage with V proportional to the nominal supply voltage (0.3 V for 250 nm)
and L = 1 �m for four technologies: (a) the gain, and (b) the output IP3.

and the signal swing are decreased proportional to the
nominal supply voltage, but still at constant transistor length;
Fig. 4(b) shows the corresponding output IP3. Note that in
order to compare only transistors in saturation, the ranges
are different for the four technologies.

Under the more realistice assumptions leading to Fig. 4, we
see that porting typically results in significantly lowered tran-
sistor voltage gain and output IP3. With this scaling scenario,
higher harmonic components may increase in amplitude despite
the smaller signal; the THD increases significantly. At circuit
level the degraded quasi-dc performance can be compensated by
techniques that boost gain, such as (regulated) cascodes. These
are, however, harder to fit within decreasing supply voltages.
Other solutions include a more aggressive reduction of signal
magnitude which requires a higher power consumption to main-
tain SNR levels.

AC Properties: The ac performance of transistors improves
with newer technologies: it is one of the main technology
drivers. As a first order estimate, two classes of capacitance are
important for speed: the intrinsic capacitances of transistors and
the junction capacitances. In this context intrinsic capacitances
are all capacitances related to actual MOS operation, including
overlap capacitances.

The impact of intrinsic capacitances hardly changes over
technology for transistors under analog operating conditions

with a fixed length. This can be illustrated using simple scaling
theories [8], [9] combined with square-law relations that are
satisfactory for illustrating trends. It follows that to first order
the unity gain frequency of transistors depends only on effective
gate-overdrive voltage and on channel length.

(2)

where is the oxide capacitance per unit area. With a fixed
transistor length, e.g., for voltage gain or accuracy reasons,
the transistor’s intrinsic speed hardly changes over technology.
Combined with the findings in the previous parts of this section,
it follows that there is a clear trade-off between gain and speed
via transistor length (see also [10]). Circuits in newer CMOS
technologies can hence achieve higher bandwidths but at the
cost of degraded quasi-dc performance.

Another aspect of ac performance is the junction capacitance.
With technology-scaling both the LDD structures and the actual
junctions become shallower, roughly proportional to the tech-
nology feature size. Also, the junction area roughly scales in
proportion to the minimum gate-length, while the dope level in-
crease does not significantly increase the capacitance per area.
Altogether this leads to a significantly reduced junction capaci-
tance per with newer technologies. This allows for better HF
and RF performance with technology evolution.
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IV. GATE LEAKAGE AND

Besides its impact on conventional properties of circuits and
devices, CMOS evolution introduces several new problems in
analog design. One of the new phenomena is gate leakage [11]:
gate current due to direct tunneling through the thin gate oxide.
This leakage depends mainly on gate-source voltage bias and
gate area.

One obvious implication of gate leakage is that the gate
input impedance includes the conventional input capacitance

in parallel to a tunnel conductance . These two have
identical area dependence, resulting in an that is area
independent and fairly independent of the drain-source voltage

. However, the tunnel current density for electrons and
holes is different mainly due to the differences in oxide barrier
height, resulting in (see Appendix B)

(3)

where is in [nm] and is in [V].
For signal frequencies higher than this the input

impedance is mainly capacitive and the MOSFET behaves as
a conventional MOSFET. Otherwise, below it is mainly
resistive and the gate leakage is dominant. Fig. 5 shows tens
of curves based on measurements on transistors with
different sizes and bias conditions in a 180-nm technology, and
shows the prediction using (3). It follows that in this technology
the gate appears to be capacitive for signal frequencies higher
than roughly 0.1 Hz, while it appears resistive only at very low
signal frequencies.

Analog applications typically apply transistors biased at low
and moderate gate-overdrive voltages. The corresponding
of a technology is then inside a relatively small frequency band.
Fig. 6 shows such bands for four technologies as derived
from measurements. This figure clearly illustrates that signal
frequencies for which the input impedance appears to be re-
sistive change from roughly 0.1 Hz in 180-nm technologies to
about 1 MHz in 65-nm CMOS.

will prove to be useful in the estimation of the impact of
gate leakage on other relevant properties of MOS transistors. A
number of estimations are given in the next section of this paper.

V. IMPACT OF GATE LEAKAGE

A. Limited Current Gain

Input bias current due to gate leakage is very similar to base
current in bipolar technologies and hence known solutions for
bipolar circuits can usually be applied in analog CMOS cir-
cuits with leaky gates. There are two major differences between
the bipolar base current and the CMOS gate current. First, in
CMOS the width and length can be selected—and are optimized
in analog designs—while in bipolar designs only the emitter
area (equivalent to MOSFET width) can be set while the base
width (equivalent to MOSFET length) is fixed. The result is that
in ultra-deep-submicron processes long CMOS transistors (that
are frequently required in conventional analog circuit designs,

Fig. 5. f as a function of the effective gate-overdrive voltage for different
NMOS-transistors in 180-nm CMOS, based on measurements and fitted using
(3).

Fig. 6. f ranges for typical analog applications, for NMOS transistors in
different CMOS technologies. For PMOS transistors, f is roughly a factor
3 lower.

for high output resistance or for low mismatch and flicker noise
reasons) may have a lower-than-unity current gain. Secondly
the bipolar base current is near zero under reverse bias condi-
tions, whereas the gate current is not which should be taken into
account, e.g., for switching applications.

The dc current gain can be estimated using . In strong in-
version and saturation at low gate-overdrive voltages, the drain
current is by rough approximation given by the square-law rela-
tion. Using the expression for for strong inversion
(see Appendix C)

with (3) the gate current at frequencies lower than can be
rewritten into

(4)

Substituting the gate-oxide thickness and with typical voltages
for analog applications yields the rule-of-thumb estimation of

for frequencies below

(5)
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Now, using the well-known quadratic approximation for the
drain current

it follows that at frequencies lower than , the current gain
of an MOS transistor in strong inversion and saturation is given
by (6). A similar relation can be derived for the weak-inversion
region:

(6)

In (6) both the carrier mobility and are about a factor 3
different for NMOS and PMOS transistors; the mobility ratio is
specific to silicon, the ratio is due to oxide barrier differ-
ences and therefore also material-related. This leads to (7) for
both types of transistors:

(7)

Fig. 7 shows the results of (7) and measurement results for
a few transistors in two leaky technologies (gate currents are
estimated for the 65-nm generation) at low effective gate-
overdrive voltages. Clearly visible from this figure are the strong
length dependence and the low current-gain for long transistors
in ultra-deep-submicron CMOS technologies. It follows that
long transistors cannot be usefully applied anymore in UDSM
technologies. The figure also illustrates that the square-law
estimation used in the derivation is adequate.

B. Self-Discharge Effects and Droop Rates

A large number of circuit designs apply MOS capacitances
for storing charge. Examples include switched-current circuits,
PLL loop filters, hold circuits and some switched capacitor cir-
cuits. Gate leakage causes a nonzero droop rate of the voltage
across MOS capacitances (see Fig. 8) and thereby puts a bound
on the maximum usable hold time and the minimum operating
frequency. The droop rate of the leaky gate capacitance is

With the relation derived in Appendix C it follows that the droop
rate in strong inversion is to a good approximation given by (8).
A similar relation follows in weak inversion.

(8)

For typical UDSM gate-oxide thicknesses and typical analog
operating conditions a rule-of-thumb estimation for the droop
rate of MOS capacitances is given in (9):

(9)

Fig. 7. Low-frequency current gain of MOS transistors in advanced CMOS
technologies as a function of gate length, at V = 0:5 V. The curves follow
from (7), 90-nm markers are based on measurements.

Fig. 8. (a) An MOS capacitance used in an (idealized) track-and-hold circuit,
and (b) the equivalent circuit in “hold.”

In words, the droop rate of a “stored” voltage on a MOS ca-
pacitor, in [V/s], is approximately equal to (in [Hz]). This
relation implies that for track-and-hold circuits the maximum
hold time for a droop amounting to is

(10)

Allowing, e.g., 1-mV drop on a sampled-and-held value, the
maximum usable hold time is in the millisecond range in
180-nm technologies, which is usually sufficient. However the
maximum hold time decreases rapidly with newer technolo-
gies, down to a typical value in the low nano second range
for 65-nm technologies. Note that this low maximum hold
time makes it impossible to apply MOS capacitors in low and
medium sample-rate A/D converters. Capacitors must then
be realized either using thick-oxide devices, or inter-metal
capacitances. If one can only use standard thin-oxide transistors
as capacitances, PMOS transistors are half an order better than
the NMOS transistors. Similar conclusions hold for PLL loop
filters and switched-current circuits.

C. Gate-Leakage Matching and Its Implications

Gate leakage is caused by quantum-mechanical tunneling and
depends on the layer thickness and the field strength. As such, it
also exhibits spread. Relative spread, or matching, usually limits
the achievable level of performance of analog circuits: it sets
a lower bound on figures such as offsets in amplifiers and the
accuracy in A/D converters.

Because spread and mismatch are dc effects, they do not
(from a fundamental point of view) require any additional
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Fig. 9. The spread of an MOS transistor in 65-nm CMOS with linear scaling ofW and L as a function of area: there are clear optima in the attainable matching.

power. However, in practice they prove to be a major imple-
mentation problem [12]. The usual way to get a sufficient level
of matching between MOS transistors is to simply spend area
[14], thereby increasing power consumption at a given speed,
because larger capacitances have to be charged [15].

Compared to the conventional mismatch sources, gate-
leakage mismatch now comes as an extra mismatch source
with a different area dependency. We found that, excluding
defect-like outliers, mismatch of gate leakage current is propor-
tional to the gate current level with a proportionality constant
of roughly , where is the transistor’s gate
area in square-microns. Assuming that conventional mismatch
and gate current mismatch are uncorrelated, the total relative
mismatch of a transistor’s drain current is roughly

(11)

where .
The first term is the conventional mismatch due to mis-

match in threshold voltage, with the matching coefficient
[12]–[14]. This is a technology-related factor that is
roughly proportional to the gate-oxide thickness, saturating in
UDSM technologies around 2–3 mV m [13]. The second term
is the mismatch in gate current as introduced here. Note that the
mismatch in the current factor of the transistors is neglected,
which is allowed for practical values of [14].

1) Improving Matching: The Classical Way: The classical
way—without incorporating gate current mismatch [14]—to
decrease mismatch is to spend area and to set an optimum

ratio. For a number of applications the input referred
mismatch of transistors is relevant; mini-
mization of input-referred mismatch typically comes down to
maximizing or increasing the gate-area in some way.
Decreasing output referred mismatch can be achieved by
lowering or by increasing the gate-area of the transistor.
By linearly scaling and of a transistor, its bias settings are
unchanged while the matching improves proportionally to the
scale factor. When scaling only device widths, and keeping
constant the current level increases proportionally and matching
improves as the square root of the width scale factor [16].

2) Improving Matching: Including Gate-Leakage Effects: If
gate leakage mismatch is accounted for, like in (11), the conven-
tional mismatch decreasing rules cannot be applied any more.
The impact of gate-leakage mismatch on the overall mismatch
of MOS transistors is again best illustrated using the square-law
relation; this relation is sufficient for rough estimation purposes.
With expression (7) for the current gain of a MOS transistor it
follows that

(12)

where is related to conventional mismatch and is related to
gate current mismatch. In the classical way the matching could
be improved by spending more area in any way. In UDSM tech-
nologies, (12) shows that by spending more area the conven-
tional mismatch contribution always decreases but that at the
same time the gate-mismatch contribution may increase. This
latter contribution increases if the transistor length increases, as
is the case with linear scaling of and of the transistors.
Hence, with linear scaling by increasing and , the total rela-
tive mismatch in drain current may increase for large gate areas,
which effectively limits the maximum usable transistor area. For
180-nm and 120-nm CMOS technologies this maximum usable
area is very large and hence the attainable levels of matching are
very good. However, for the 90-nm (measured matching) and
65-nm (estimated matching) generation this yields maximum
usable areas in the order of respectively m and m :
then gate-leakage mismatch is a significant effect that limits the
attainable matching. This is illustrated in Fig. 9. In this case, ac-
tive mismatch cancellation techniques or matching-insensitive
designs are required.

On the other hand, scaling only the transistor width and
scaling the current levels in proportion, both the gate-leakage
contribution and the conventional matching term improve with
the square root of the scale factor. This is illustrated in Fig. 10.
In this case essentially any level of matching can be obtained at
the expense of area and power consumption. Active matching
cancellation techniques are not required here, but can be used
to break the area–power-matching relation.

D. Noise

Just as any current across a junction, gate leakage exhibits
shot noise with current density . As such, it is
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Fig. 10. The spread of an MOS transistor in 65-nm CMOS with width scaling, and constant L as a function of area: no minimum in the attainable matching at
the cost of increased power consumption.

Fig. 11. Porting older designs to newer CMOS technology: (a) with supply voltage down scaling with a significant power consumption increase, and (b) a
high-voltage version of the original circuit can operate at higher-than-nominal supply voltages with its associated lower power consumption. Implementation
overhead to enable high-voltage operation increases power consumption.

equivalent to base currents in bipolar transistors. Note that at RF
frequencies effects like the induced gate noise also contribute
to the total gate noise [17], [18]. Noise in the gate current will
therefore limit noise performance in analog circuits in UDSM
CMOS.

VI. A SOLUTION: LIVING OUTSIDE RAILS

The two major problems associated with analog circuit de-
sign in UDSM technologies are the low supply voltage and
the gate-leakage related effects. One strategy to deal with the
low-supply drawback is to operate critical parts of analog cir-
cuits at a supply voltage significantly higher than the nominal
supply voltage for the CMOS process used. This typically re-
duces the power consumption significantly at a given level of
performance [19]–[21], but requires a focus on lifetime issues
such as oxide breakdown [22], hot carriers [23], [24], NBTI [25]
and junction breakdown [26]. Generally junction breakdown is
not a major issue while hot carrier degradation does not play
a significant role at supply voltages lower than 1 V. The other
two effects need to be limited by a suitable limitation of ter-
minal-pair voltages. Techniques known from high-voltage I/O
circuits can be readily used for this. A brief review is presented
at the end of this section.

Analog Circuits at High Supply Voltages: The effect of op-
eration of analog circuits in UDSM CMOS at a high supply
voltage, up to a few times as high as the nominal supply voltage

for the process, is illustrated in Fig. 11. Both curves
in Fig. 11(a) and (b) show the minimum power consumption as
a function of the supply voltage, for a circuit in a CMOS tech-
nology at constant performance, with optimized bias settings
and device dimensions for each technology and supply voltage
[6]. In these figures, the upper curves (tech1) correspond to an
older technology while the lower curve (tech2) is a newer tech-
nology. For analog, the migration to a newer CMOS technology
with its associated lower nominal supply voltage results in in-
creased power consumption at fixed performance, indicated by
the a) arrow in Fig. 11(a). Note that the jump to another curve
corresponds to going to another technology with the same cir-
cuit topology. However, implementing the circuit in such a way
that it runs at a high supply voltage can significantly decrease
power consumption; this is indicated by arrow b) in Fig. 11(b).
For reliability reasons typically circuit overhead is required, re-
sulting in the upward part of the b) arrow.

An obvious advantage of migration to more advanced
CMOS technologies is that it enables selective application of
low-voltage transistors with their specific advantages and dis-
advantages. Especially interesting is the digital computational
power that can solve many deterministic analog inaccuracies
(e.g., mismatch and distortion).

Running Analog Circuits at High Supply Voltages: For cir-
cuits operating at high supply voltages, a number of robust high-
voltage-tolerant transistors can be used to replace the standard
transistors that can only reliably operate up to nominal supply
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Fig. 12. Ways to implement high-voltage tolerant transistors in standard
CMOS: (a) thick-oxide transistor; (b) (thick-oxide) cascode; (c) retractable
cascode composite transistor.

voltages. Fig. 12 presents three examples known from high-
voltage (HV) I/O circuits. A number of circuits and blocks with
analog behavior implementing the retractable cascode HV tran-
sistors shown in Fig. 12(c) were discussed in [3] and [27]. These
HV transistors enable direct reuse of most older circuit architec-
tures, running at supply voltages corresponding to the original
design: high supply voltages when related to the nominal supply
voltage of the CMOS process used. Extended-drain transistors
that can be realized in standard CMOS could also be used; such
structures are described in [28].

The easiest way is to use the (commonly available) thick-
oxide transistor [Fig. 12(a)] that is comparable to a two-gen-
erations-old standard transistor. However, in order to benefit
from technology scaling compound structures using thin-oxide
transistors, as in Fig. 12(b) or (c),1 typically outperform the
thick-oxide transistor in Fig. 12(a) in the fields of matching,

noise and output impedance. These compound structures
have some disadvantages: they are asymmetric, do not solve
gate-leakage issues, and require suitable cascode voltages at
power-up.

Careful selection of the analog sections to run at high supply
voltages, and careful selection of the best type of transistor (thin
oxide, thick oxide, or compound) will to a great extent circum-
vent one of the main roadblocks in UDSM CMOS technolgies:
the low nominal supply voltage. Note that thick-oxide transis-
tors also solve gate-leakage issues as their gate leakage is usu-
ally negligible.

VII. CONCLUSION

Modern and future UDSM CMOS introduce several new
problems for analog circuit design. From a fundamental point
of view, lowering the analog supply voltage leads to an increase
in power dissipation at constant performance. This increase
in power dissipation becomes drastic as the supply voltage
approaches the threshold voltage plus a few hundred millivolts,
as illustrated in Fig. 1.

1The retractable cascode structure typically uses one cascode with a fixed gate
voltage, and one or more cascodes with variable gate voltages. In Fig. 12(c),
the variable gate voltage is soft-switched by two PMOS transistors between
the drain voltage of the switched transistor and the nominal supply voltage,
whichever is highest.

When migrating to modern technologies the quasi-dc analog
transistor properties hardly change, as long as constant tran-
sistor lengths and terminal voltages are used. However, if the
supply voltage is reduced according to the technology roadmap,
the analog performance is lowered because of the lower bias
voltages. Nonlinear output conductance in combination with re-
duced voltage gain pose limits with respect to linearity of (feed-
back) circuits.

Gate leakage becomes a serious problem in upcoming
technologies, especially if long transistors are used. A pa-
rameter is introduced that enables quick estimations of
gate-leakage related effects. Besides gate leakage itself, mis-
match in gate leakage introduces new limitations. Mismatch
cannot be tackled anymore by simply spending more area for
transistors: when the transistor length is increased an upper
limit to matching is encountered. Here, increasing area does
not automatically improve overall matching anymore, except
if higher power consumption is accepted or active cancellation
techniques are applied.

Operating critical parts at higher supply voltages, by ex-
ploiting combinations of thin- and thick-oxide transistors can
solve the low voltage as well as the gate leakage problems.
Composite transistors are presented in Fig. 12 to solve this
problem in a practical way. In summary: unlike digital designs,
analog circuits benefit from technology scaling if the supply
voltages are not scaled down.

APPENDIX A

In this Appendix, known performance–power relations for
active circuits are briefly reviewed and their impact is discussed.

A. Performance in SNR: Total Integrated Noise

A number of papers on the relation between analog perfor-
mance and power consumption specify the performance in only
its signal-to-noise-ratio (SNR) and the signal bandwidth [4], [5].
Typically, only the total integrated thermal noise is taken into
account. In these papers, a system as depicted in Fig. 13(a) is
used: an unspecified analog circuit represented by a resistance
or conductance.

Including only thermal noise integrated over the total noise
bandwidth of the circuit, the integrated noise voltage and the
required (class-A) bias current are

These equations lead to a minimum power consumption of an
analog circuit given by

where is the ratio between the peak-peak signal swing and
the supply voltage [15], is the efficiency of using supply
current [15], are Boltzmann’s constant and the temperature,
respectively, SNR is the circuit’s signal-to-noise ratio as a power
ratio, is the signal frequency, is the signal amplitude.
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Fig. 13. (a) Circuit representation assumed for the power-performance relations: a circuit with an output resistance and an output load, and (b) actual circuit
topology used in [6].

Taking into account only thermal noise, the power consump-
tion required for some SNR is technology independent if both
the parameters and are invariant over technology. In
general, and increase with newer technologies because
of voltage overhead (e.g., to accommodate gate-source over-
drive voltage and saturation [15]) and due to the use of folded
structures.

B. Performance in SNR: Bandwidth Limited Noise

For many circuits the total integrated thermal noise at the
output is irrelevant: only the noise within some frequency band
is of interest. In this case, neither the thermal noise nor the re-
quired bias current is related to the output capacitance: this ca-
pacitance is now purely parasitic. For this type of circuit, the
integrated thermal noise voltage is2

where is the relevant frequency band.
For ordinary active electronic components, the transconduc-

tance is a function of the bias current and of some voltage.
For bipolar transistors and MOS transistors

where a lower bound to the effective gate-source over-
drive voltage for MOS transistors is weak-inversion
(bipolar-like) operation. These two expressions can be cap-
tured in one: where is something like
equivalent effective overdrive voltage. The minimum power
consumption to reach a certain SNR is then

It also follows that the power consumption is proportional to the
targeted SNR. However, lowering the supply voltage (and signal
swing) without decreasing the increases the required power
consumption. Note that this situation always occurs with bipolar
transistors and MOS transistors in moderate or weak inversion.

2Actually the noise should be corrected with the circuit noise excess factor.
For simplicity reasons this is neglected here.

C. Performance in SINAD: Total Integrated Noise

In many analog circuits, both noise and distortion are relevant
to the performance. For those circuits the signal-to-noise-and-
distortion ratio (SINAD or SNDR) may be the right way to ex-
press the performance. Examples of circuits for which this type
of performance is relevant include switched-capacitor circuits
and track-and-hold circuits. The circuit corresponds to that in
Fig. 13(b). In general, it is an unspecified analog circuit driving
an explicit load capacitance as shown in Fig. 13(a). The actual
analog circuit can be anything ranging from a nonlinear resis-
tance to an analog amplifier with any amount of global or local
feedback. In [6], it was shown that, taking the total integrated
thermal noise into account, for weakly nonlinear analog circuits
with a dominant load capacitor the absolute minimum power
consumption is

where is the ordinal number of the dominant harmonic,
links higher harmonics to the first harmonic3 as ,
and is the inverse of the function between the conduc-
tance and bias current of a circuit.

In the derivation of this expression, distortion, and noise
are traded against each other in such a way that a maximum
performance–power consumption ratio is reached. Note that
this general expression is much more complex than its SNR-
based counterpart, presented in Section A. For ordinary weakly
nonlinear analog circuits, substituting the function and

results in a circuit-specific SINAD-P relation with many
similarities to the SNR-P relation mentioned above; see [6]
for two examples. The biggest difference between the SNR
expression and the SINAD expression is that the latter contains a
multiplicative term that increases with decreasing signal swing,
and hence with the lower supply voltage that comes with newer
CMOS generations.

3These variables describe the nonlinearity of the analog circuit and follow
from a Taylor series expansion of the dc-transfer curve of the circuit.
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With the assumptions leading to the SNR limit (marginally
preventing both clipping and slewing) straightforward mathe-
matics shows that the complex SINAD-P expression collapses
to the SNR-P one4 in Section A:

D. Performance in SINAD: Bandwidth Limited Noise

For circuits dealing with a SINAD performance specifica-
tion, either the total integrated noise or bandwidth limited noise
may be relevant. In the case of bandwidth-limited noise, there
is no need for an explicit load capacitance. As a direct conse-
quence of the absence of any required bandwidth limitation,
from a mathematical point of view harmonic distortion is zero.
The relation between power consumption and bandwidth-lim-
ited SINAD therefore equals the relation for power and band-
width-limited noise under .

E. Summary

From a fundamental point of view it can be concluded that
lowering the supply voltage increases the power-performance
ratio, with exception of the simplest case described under A.
Moreover, any voltage overhead worsens the power-per-
formance ratio with decreasing supply voltage , typically
introducing a multiplicative term in the power
relation.

F. Exceptions to the Rule

Most analog circuits comply with the power-performance
relations discussed here. Obvious exceptions to this rule are
circuits that are overly robust in some aspect, for example
most flash A/D converters that minimize mismatch issues by
spending area, or that cannot satisfy some scaling issues, e.g.,
low-noise amplifiers.

Flash A/D Converters: Practical findings indicate that the
power consumption in flash A/D converters is not determined
by thermal noise issues, see, e.g., [15]. Typically, low-resolu-
tion flash converters aim to reach a certain level of matching, by
spending area, at some operating frequency. Under these con-
ditions matching and speed requirements determine the power
consumption, and consequently the power consumption of flash
A/D converters decreases with newer CMOS generations be-
cause of better matching properties. However, when using ac-
tive matching techniques [15], [29], [30], the need to spend area
for matching is absent and the power–performance relation is
determined by SNR issues again [15]. Note that it is a funda-
mental property of dc-type disturbances that no power is needed
for their minimization. The apparent independence of SNR and
power consumption in flash A/D converters is therefore due to
the practical way mismatch is dealt with.

Low-Noise Amplifiers: Other circuits that do not comply
with the discussed power-performance relations include RF

4This is true for at least most of the g (I) functions that can be realized in
standard electronics.

low-noise amplifiers (LNAs). In the derivation of these rela-
tions, the signal swing is optimized for a given supply voltage.
However, in LNA-type circuits the signal swing is fixed and
lower supply voltages result in somewhat degraded bias cir-
cuitry and in a lower implementation overhead [15]. The overall
result is that for circuits with a fixed very low signal swing,
the power–performance ratio can improve with newer CMOS
generations [31], [32].

APPENDIX B

Using a simplified relation for gate current based on the gate
current model in MOS Model 11 [33], we can write the fol-
lowing relation for a MOSFET in saturation. In this relation,
the effects of overlap regions are neglected:

where is the effective gate bias, given by

and and are constants given by

In the above, determines the subthreshold slope
is the oxide potential barrier ( V for elec-

trons, V for holes), and and are physical
parameters dependent on oxide thickness , channel length
and channel width . For electrons, we can write

As a simple approximation, we get the following expressions
for the factors and , now with the oxide thickness in [nm]
and assuming NMOS transistors. Note that gate current is pro-
portional to the total gate area.

For the input capacitance , we find (also neglecting the
overlap regions) the following relation, where is the total
oxide capacitance. Note that this term is also proportional to the
gate area.

with

Authorized licensed use limited to: UNIVERSITY OF OSLO. Downloaded on March 10,2010 at 08:37:56 EST from IEEE Xplore.  Restrictions apply. 



142 IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 40, NO. 1, JANUARY 2005

Fig. 14. Ratio g =i as a function of gate bias v . Markers are
measurement results and curves are predicted results using (13) and both
expressions of (14).

The frequency where the imaginary part and the real part of the
input impedance are equal is

with

it follows that in strong inversion and saturation, where
and and

for NMOS transistors can be approximated by

Similar relations can be derived for the moderate and weak
inversion regions, and the linear region. For PMOS transistors

is roughly a factor 3 lower due to the higher oxide poten-
tial barrier .

APPENDIX C

The relation between gate conductance and gate current can
be used in a number of expressions that link some gate-leakage
related property to the size-independent . In this paper the
properties discussed are the dc-current gain and the self-dis-
charge droop-rate of MOS-capacitances. Using Appendix B, the
tunnel conductance can be readily calcu-
lated. The normalized gate conductance is then

(13)

In strong inversion and weak inversion, respectively, this re-
lation can be approximated by the following ones. Note that

the dimensions are correct because of implicit multiplication by
appropriate scale factors.

(14)

As an example, Fig. 14 shows measured data for a
10 m 10 m transistor in a 120-nm technology, with
the more exact expression and the two approximations for the
weak inversion and strong inversion region. Clearly the simple
relations comply very well to measurements.
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